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Chapter 3   
RF Front-End Circuits 

 

In this chapter, each of the building blocks for the direct-conversion receiver is 

introduced together with their simulation results. Subsequently, a complete 3.1~10.6 GHz 

direct-conversion receiver would be integrated with these building blocks and the simulation 

results of the receiver are presented.      

 

3.1 Common-Gate Wideband Low-Noise Amplifier (WLNA) 

with Gm-Boosted 

LNA is the first circuit component that RF signal enters the receiver front-end; therefore 

the performance of LNA would have great impact on the entire system. For UWB applications, 

the design of LNA is somehow different from that in narrow band system and has been 

considered one of the most challenging tasks: the performance requirements of broadband 

gain, wideband input matching from 3.1 to 10.6 GHz, high linearity, and minimized noise 

figure must be satisfied simultaneously under suitable power consumption and cost. Of the 

researches about LNAs, the inductor-degenerated LNA [13]-[14] offers the desired properties, 

but only in a narrow band around a single frequency; a resistive feedback wideband amplifier 

cannot provide sufficiently low noise NF and high gain while consuming high power [15]; 

multiple stages of conventional distributed amplifiers can achieve excellent performance of 

gain-bandwidth product, however is consumes more power and chip area [16]. A new WLNA 

used for UWB applications is presented here to receive the 3.1~10.6 GHz signal at a time and 

fulfill the performance requirements as required. The wideband LNA is described and 

analyzed is the following.     
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3.1.1 Operational Principle 

 The proposed wideband LNA is designed as a two-stage amplifier. The common-gate 

(CG) stage is applied as the input stage (compared to the common-source (CS) LNAs, this 

configuration has superior broad input matching, linearity, stability, and robustness to process, 

voltage, and voltage (PVT) variations). The input impedance (1/gm) should be matched to 50 

ohm over the frequency of interests. However, in practical design, 1/gm of 50 ohm would 

inevitably limit the transconductance of input MOS, and further set a NF low bound for most 

CG-LNAs (NF is related to 1/gm). In a way, input impedance of 30 ohm would have an input 

return loss around -12 dB, which is sufficient for most system specifications [17]-[18].       

To overcome the inherent high NF of conventional CG-LNAs, gm-boosting technique 

[17]-[18] is utilized in this LNA design. As opposed to the published works using gm-boosted 

technique designed as differential amplifiers: the out of phase input signal are already existed 

and can be exercised immediately, the gm-boosted technique employed in the proposed WLNA 

is realized with a NMOS CG amplifier and an extra CS amplifier using PMOS as input stage. 

The out-of-phase signal is generated after being applied to the CS amplifier and then feed 

back to the gate of the NMOS in CG amplifier to boost the effective gm of the input NMOS. 

The usage of PMOS eliminates the need of an extra bias voltage applied to its gate and is 

biased at ground voltage.       

Another point addressed here is the native limitation of lower gain for most CG 

amplifiers which is more critical in LNAs design: there must be sufficient gain to enlarge the 

weak input signal received from antenna. Consequently, a CS with resistive degeneration 

amplifier is cascaded after the first stage to enhance the overall gain and improve linearity. 

Figure 3.1 is the simplified circuit diagram of the proposed WLNA.       
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Figure 3.1 The circuit diagram of CMOS wideband LNA 

3.1.2 Design Considerations 

Wideband input matching, wideband gain response, noise and linearity, and stability 

issues about the wideband LNA are discussed in the following subsections: 

Wideband Input Matching and Noise   

Figure 3.2 is the simplified schematic of the input stage of CG-LNAs with gm-boosted, 

and the input signal is feed to the source terminal of the input NMOS. If the inverted amplifier 

is neglected, the input impedance can be expressed as: 

IN pad 1 gs
m1

1 1Y SC +SC //( +SC + )gSL
≈  

(3-1) 

where Cpad is the input pad capacitance which is always very small to have less influence on 

the received signal and C1 is the input bypass capacitor that is usually designed with large 

value to block the dc level and do not attenuate the input signal amplitude. Therefore, the 

equation 3-1 can be further simplified to: 

IN 1
mgs

1 1Y (SL + + )gSC
≈                            

  ( 3-2) 

With the parallel resonant network seen at the input terminal, the input impedance (1/gm) can 
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be matched to 50 ohm at desired frequency. Taking the feedback amplifier into account, now, 

the gain of the WLNA can be expressed as follows: 

m out

m out

m out effective

Vout Vin gain Vin g Vgs Z ,
        Vin g (1 A) Z
        Vin G Z      

= × = × × ×
= × × + ×
= × ×

 

where Zout is the equivalent ouput impedance, gm is the transconductance of the input NMOS 

and the effective gm of this amplifier can be represented as m(1 A)g+ ; the input impedance (Zin) 

becomes gs
m1

1 1 1( SC )g(1 A) SL
+ +

+
. The real part of Zin is 

m

1
(1 A)g+

 and is then matched 

to 50 ohm or say (1+A)gm is 20 mA/V. This result shows the gm of input NMOS can be 

reduced by a factor of (1+A) while still provides a sufficient input matching condition and the 

power consumption is decreased.          

 Noise factor of conventional CG-LNAs including the channel noise and induced gate 

noise is 

g2 2d0
CG-LNA

m m

n n

4KTςg Δf4KTγg Δf 1 1F 1 ( ) ( )4KT 4KTg Rs g Rs
R Δf R Δf

= + +                   

  (3-3) 

With source resistance (RS =50 ohm), 2
g0 gs d0g ( C ) / 5gω= and an input matching condition of 

mg Rs 1≈   

20
CG-LNA

T

ωγ ας γF 1 ( ) 1
α 5 ω α

≈ + + ≈ +                               

(3-4) 

 

Figure 3.2 Simplified input stage of CG-LNA with gm-boosted 
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Figure 3.3 Small signal diagram 

 

Nominally speaking, gm-boosted technique can help reduce the noise by an amount of (1+A) 

under the presupposition of neglected noise contributed by the inverted amplifier. However, 

noise from the inverted amplifier, actually, is less than ignorable and is analyzed as follows.   

Figure 3.3 is the small signal diagram of the WLNA, shown in Figure 3.1.The drain 

induced gate noise is neglected for simplification and ZL1, ZS, ZL2 represent the impedance 

seen at drain, source terminals of input NMOS ,M1, and drain node of input PMOS, M2, 

respectively. 2
nd1I , 2

nd2I are the drain thermal noise current of M1 and PMOS, M2, which 

dominate the overall noise contribution. The noise factor of the WLNA can be calculated： 

assuming the input matching is achieved by above mentioned Rs =
m

1
(1 A)g+

=50 ohm. 

total m m L2 L1 2

2 2 22 2 2
out,noiseout,noise L n n

2 2

2
m m m1 2 1

2 2 22
m S m m S L21 1 2m m S L21 2

Gain of the amplifier: A   g (1 g Z )Z

V I Z Na V +I RsNoise factor    1
A 4KTRs A 4 Ni 4KTRs

4KTγg 4KTγg g1 1 [
(1+g Z +g g Z Z ) (1+g (1+g Z ) Z 4KTRs

KTRs

= +

= = = + =

= + + 2
2

1 S m 2 S L21

2
m m L21 2

2
m L2 m S m m S L22 1 1 2

2
m m L21 2

2 2
m S m m S L2 m S m m S L21 1 2 1 1 2

]
gm Z +g gm Z Z )

γ+γg g Z1  1
(1 g Z ) (1+g Z +g g Z Z )

γg g Zγ[1 ]
(1+A)(1+g Z +g g Z Z ) (1+A)(1+g Z +g g Z Z )

LZ

= +
+

= + +

      (3-5) 

where gm2 ZL2 is the gain of the inverting amplifier, A. The first term is the noise factor if the 
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inverting amplifier is noiseless and it is obviously lowered by a factor of (1+A). The second 

term is the noise contribution from the PMOS, M2, which can be reduced by increasing its 

transconductance or inductance of L2. With the simulations of matlab program, the noise of 

the WLNA can be calculated. For submicron MOSFET, α ( d0

m

g( ) 1
g

> ) and  21 << γ  holds 

[17], which results in a noise factor well above 2. Choosing α =1 and γ =1 as a rough 

calculation, noise factor is at least 2 (i.e. 3dB) without any technique to debase the noise. 

Figure 3.4 shows the noise factor of the WLNA predicted by Matlab simulation according to 

(3-5). It can be seen that noise factor decreases when gm increase as in Figure 3.4(a), but there 

exists a tradeoff between power consumption and noise reduction: excessive increment of gm 

could not get commensurate decrement of noise factor. Figure 3.4(b) is the simulation result 

of the noise factor with different inductance of L2. Enlarging the inductance, which means 

cutting down the resonate frequency of the LC tank seen at PMOS, M2 drain, would provide a 

larger gain of inverting amplifier at lower frequency. This explains the phenomenon in Figure 

3.4(b) that noise factor is sharply lowered. Nonetheless, inductive peaking technique is not 

adopted here as a result of that added resistor in the inverting amplifier used to broaden the 

operating bandwidth would inevitably raise the noise factor floor simultaneously. Though, a 

flatter noise factor could be derived, average noise factor is boosted. There exists tradeoff in 

choosing the bandwidth of the inverting amplifier: the policy taken here is to assure minimum 

average noise figure.  

According to the above analyses, the overall noise factor can be improved through the 

active gm-boosted technique with carefully choosing the device size under moderate power 

consumption and satisfy the requirement of UWB system for flat noise figure performance.   
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 (a)  

 

(b) 

Figure 3.4 (a) Noise figure with different gm of PMOS, M2 (b) Noise figure with different inductance of L2 
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Wideband Gain Response and Linearity  

Gain and linearity are always a tradeoff in designing amplifiers. Several ways to reach 

the goal of wideband gain response: for example, the method generally used is to vary the 

capacitance or change the inductance by switching inductors in RF load of amplifiers. The 

former is realized by adding capacitance to change the resonant frequency as needed, which 

leads to decrease the load impedance and lead to a wideband gain variation across the band of 

interests. The latter is generally considered infeasible due to the nonlinearity of most switches 

[8].    

A popular way to enhance the bandwidth is named “inductive peaking” (shunt-peaking 

inductor): this methodology is accomplished with an inductor connecting serially with a 

resistor. This combination lowers the quality factor (Q) of the inductor which is inversely 

proportional to the bandwidth and hence reduces sensitivity to process variation. The series 

inductor provides a pole at its resonant frequency which would help raise the dropping gain 

response at desired frequency as shown in Figure 3.5.  

 

Figure 3.5 The effect of inductor peaking on the bandwidth improvement 
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Stability  

The stability of the WLNA is also of concern. Especially in the presence of feedback path 

or the proposed WLNA, the circuit may become unstable under certain combinations of source 

and load impedance. Stability can be examined with Rollett stability factor [1] defined as  

2 2 2
11 22

11 22

11 22 12 21

1 | | | S | |S |K
2 | S | |S |

where  S S S S

+ Δ − −
=

Δ = −

  

(3-6) 

And stability measure, defined as 

b = 1+|S11|2 - |S22|2 +|Δ |2    

 (3-7) 

If K > 1 and b>0, then the circuit is unconditionally stable, i.e. it does not oscillate with any 

combination of source and load impedance. This is critical in the WLNA design because the 

stability factor must be greater than one over a wide frequency range.  

3.1.3 Circuit Realization 

Figure 3.6 shows the schematic of the proposed WLNA. C1 is used as a bypass capacitor 

for isolating the dc level and CP is the equivalent pad capacitoance at input terminal. L1 

resonates with gate-source capacitor, Cgs, of M1 to match the input impedance (1/gm) to 50 

ohm system. The input RF signal is simultaneously feed to M1 source and PMOS, M2 gate to 

be amplifier, and then with one path through M2, an inverted signal is applied back to M1 gate. 

This produce a positive feedback at M1 drain terminal, therefore the signal at M1 drain and the 

equivalent transconductance (gm) of M1 are both enlarged. Then the high NF character of 

conventional CG-LNAs can be reduced with the increased effective gm of input NMOS, M1. 

In the feedback loop, L2 is used to resonate with the parasitic capacitance seen at PMOS, M2 

drain, C2 is a bypass capacitor to isolate dc level, and RB is a large resistor which creates an 

open circuit at desired frequency. Then R1 and L3 can improve bandwidth. Finally, in order to 
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have sufficient gain over the whole frequency range, a common-source with resistive 

degeneration amplifier, M4, R2, and L4 is used as second stage. 

The WLNA is a two stage amplifier, therefore the device size and bias point of the input 

NMOS of first stage should be optimized for best noise performance, of which the first stage  

VB1

INPUT

VDD

M1 M2

M3

L1 L2

L3 L4

R1

C2C1 RB

CP

LNA_OUT

R2

VDD

 

Figure 3.6 The schematic of the proposed CMOS wideband LNA 

 

Table 3.1 Detail parameters of the WLNA 

M1 80 um / 0.13 um L4 w=3 μm r=25 μm nr=4.5 

M2 2.4 um / 0.13 um C1 2 pF 

M3 28.8 um / 0.13 um C2 1.8 pF 

L1 w=3 μm r=45 μm nr=5.5 CP 30 fF 

L2 w=3 μm r=15μm  nr=3.5 R1 210 ohm 

L3 w=9 μm r=90 μm nr=5.5 R2 5 k ohm 

 

is the dominant noise contributor, and therefore, the second stage CS amplifier should be 

designed to achieve sufficient linearity. Figure 3.7 shows the simulated NFmin for different 

NMOS width: NFmin is lower with device size increasing. Figure 3.8 is the simulation result of 

NFmin with variation of device size and gate voltage, it can be discerned that minimum NFmim 
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happens at gate voltage around 0.5~0.6-V for various device sizes. Based on the noise 

simulation results, the gate voltage of input NMOS can be decided and its width is also 

available. In addition, to have a good linearity performance, the bias point of the second stage 

amplifier should be set carefully. The non-linearity phenomenon can be interpreted as 3rd 

order distortion and be described with the non-linear dc transfer function in (3-6).In (3-6), gm’’ 

is a coefficient of the third order of Vgs; therefore, larger gm’’ means more serious distortion to 

the received signal. Figure 3.9 shows the gm, gm’, and gm’’ at different gate bias point, from it 

the gate bias voltage can be easily obtained to have a better linearity performance for the 

second stage amplifier. While there is a tradeoff between linearity and noise performance, the 

bias point for best noise performance and linearity is much alike.      

2 3
2 3

gs gsDS gs 2 3
gs gs gs

2 3m m
gs gsm gs

i i iI (V) V V V
V V V

g ' g ''            g V V + V ..... 
2! 3!

∂ ∂ ∂
= + +
∂ ∂ ∂

= +

               

    (3-8) 

 

 

Figure 3.7 Comparison of simulated NFmin with different device width 
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Figure 3.8 Simulated NFmin with variations on device width and gate voltage. 

 

 

Figure 3.9 gm, gm’, gm’’ characteristics of 0.13-μm NMOS with the W=80 um at VDS=1.2-V 
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3.2 Carrier Generator 

Quadrature phases of every LO signals are required in UWB systems, which utilize a large 

bandwidth from 3.1 to 10.6 GHz, and therefore a number of LO signals with quadrature 

phases at different frequencies for correct down-conversion are essential and critical. One of 

the many ways to generate the LO signals is putting several LO generators to use, while much 

power consumption and large chip area make this approach infeasible. In addition, switched 

capacitor bank is another way capable of providing a large tuning range, but complex digital 

control scheme is needed to extend the operating bandwidth.  

Furthermore, the quality, phase noise performance, of the LO signals is also of concern as 

described in chapter 2. A LO signal with poor phase noise performance results in unwanted 

frequency translation of nearby interferers, degrading the receiving signal quality seriously 

(Figure 3.10). It is interesting to note that unlike narrowband RF receivers, UWB systems 

exhibit susceptibility to phase noise primarily in the form of the corruption of the signal 

constellation; the effect of reciprocal mixing is much less, pronounced because it is 

determined by the phase noise at an offset of several hundred megahertz, therefore, what is 

influenced occupies a small portion of the channel.  

  The proposed carrier generated is designed to provide the required LO signals in the 

frequency of interests with moderate phase noise performance and power consumption.  

        

 

Figure 3.10 Effect of unwanted frequency translation of interferes [9]. 
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3.2.1 Operational Principle 

The carrier generator provides the required 3.4~10.3 GHz LO signals in the proposed 

receiver design and its architecture is shown in Figure 3.11. The key building block of which 

is a wideband quadrature voltage-controlled oscillator (QVCO) generating carriers from Band 

#5 to Band #14 (Figure 2.1). The quadrature output signals of the QVCO are further amplified 

by its output buffers, I1 and Q1, used to compensate the difference of the QVCO output power 

varying over a large bandwidth. Finally, the rest needed carriers are obtained through a 

divided-by-2 circuit following the QVCO buffers. One divider is placed at buffer I output to 

create Band #1 to Band #4, while a dummy divider is placed at buffer Q output to minimize 

the output amplitude and phase mismatch of the carrier generator. With the nature of divider 

circuit, the output quadrature signals are assured as long as its differential input is acquired. 

The oscillator constructing the QVCO is based on the typical LC VCO (Figure 3.12) 

[1]-[3], which comprises a resonator, including inductor, capacitor, and a negative resistor. 

The oscillation of the LC VCO occurs at the frequency when the impedance of inductor, L, 

and capacitor, C, are equal but in opposite sign, i.e. the impedance of the resonator becomes 

pure resistive. Nonetheless, the energy stored in the resonator, actually, will be lost in the form  

 
Figure 3.11 The architecture of proposed carrier generator  
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Figure 3.12 A typical LC oscillator model 

 

of heat; a negative resistor is in parallel connection with the resonator to produce impedance 

of P
m

1 RG
- // . If the condition of (-1/Gm > RP) is satisfied, the oscillation occurs continuously. 

The target of wide tuning range for the VCO can be achieved if the inductor possesses the 

character of decreasing inductance with increasing frequency and varactors with sufficient 

tuning capacitance range. This property enables the possibility to realize a wideband VCO. 

The design of QVCO must maintain the wideband tuning capability. The quadrature phase 

output can be derived in the form of the ring oscillator architecture and its conceptual diagram 

is depicted in Figure 3.13. The inverter INV_I and INV_Q are identical and designed as CS 

structure. It is worth noting that conventional architecture of QVCO would burden the loading 

of individual VCO, for example, the employed inverter, INV_I and INV_Q, would directly 

contribute extra capacitance at the output of VCO: this is particularly crucial in this QVCO 

design for wide tuning range, and similarly, divider and mixer inevitably contribute parasitic 

capacitance to degrade the tuning range of the VCO, or say the tuning range of the carrier 

generator. A possible approach used here is to isolate the VCO output and the node connected 

to divider and mixer. As a result, what is connected to the carrier generator output would have 

less impact on its locking frequency range (Appendix.A).  

The divided-by-2 circuit is based on a D-flip-flop architecture (Figure 3.14), which is 

superior at its wide input frequency range and can operate down to a very low frequency [23]. 
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The 1/2 frequency divider employs two D-latches in a master-slave configuration with 

negative feedback. In high speed master-slave dividers, it is common practice to design the 

slave as the “dual” of the master so that they can be both driven by a single clock. However, 

duality requires one of the latches to incorporate PMOS devices in the signal path, hence 

lowering the maximum speed. To avoid the problem, the divider can be driven by two 

complementary clocks and the skew on each signal path must be minimized [24].    

 

Figure 3.13 Conceptual diagram of the QVCO 
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Figure 3.14 D-Flip-Flop based frequency divider. 
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3.2.2 Design Consideration  

Poor quality factor (Q) of the monolithic inductor, limited tuning ability of varactors, and 

more flicker noise in CMOS compared to other technologies such as SiGe HBT are 

challenging in the VCO design. This results in small frequency tuning range and poor phase 

noise for wideband system applications. Also, the reduction of channel length improves the 

speed but reduces supply voltage to ensure product reliability. This decrease power 

consumption, but degrades the phase noise and output power at the same time. To alleviate 

these problems discussed above, high-Q inductors for the resonator are required and 

accumulation MOS varactors are suitable to increase the frequency tuning range and 

improve phase noise performance. 

Besides, frequency divider used to divide down the internal high frequency LO signals 

also attracts much attention to be carefully designed and implemented; its output digital signal 

would disturb other RF blocks through capacitive coupling or substrate easily, and the 

sensitivity of which determines the frequency range of the required carriers.       

Characteristic of passive components, tuning range and phase noise, and the sensitivity of 

the frequency divider are discussed and analyzed below. 

Characteristics of the Passive Components  

To design a VCO with wide tuning range, it is desirable for the inductance of an inductor 

to be small as compared to the capacitance of the varactor, and possesses smaller parasitic 

capacitance resulting from metal-to-substrate and metal-to-metal inter-winding [22]. In 

addition, a characteristic that as the operating frequency increases, the required inductance for 

the resonator is decreased in portion would be helpful to extend the tuning range. These 

characteristics of an inductor discussed above can be realized with the proposed inductor, 

shown in Figure 3.15, in which two half-turn inductors is used. The first inductor is of small 

line width of 3-um for less parasitic effects and the second one is of larger line width of 
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15-um to enhance the equivalent Q of the series-connected inductor.    

 Compared to a multi-turn spiral inductor, this inductor has worse magnetic coupling 

between coils, which leads to lower inductance per area and therefore worse 

inductance-to-series-resistance (L/RS) ratio. This results in lower quality factor Q, defined as  

Energy stored per cycleQ
Energy loss per cycle

=  

        (3-9) 

Although the phase noise performance of the VCO may be degraded, the absence of 

inter-winding capacitance and reduced substrate capacitance of the proposed inductor allows a 

wider frequency tuning range. In addition, the Q can maintain a sufficient value over the 

frequency of interests, due to the reasons below: first, the 0.13-μm copper process decreases 

the parasitic capacitance and resistance significantly; second, there is no underpass below the 

inductor leading to additional energy loss. The inductor is constructed by connecting two 

half-turn inductors in series with top metal thickness of 3.3-μm copper. The one-port 

S-parameter simulation result is shown in Figure 3.16. The simulated inductance of the 

inductor is decreased with increasing frequency and the inductance is about 0.46 nH and Q is 

above 15 after 5 GHz. The self-resonant frequency is greater than 15 GHz. The inductor is not 

utilized at the frequency near Q maximum as a result of the trade-off between Q and 

frequency tuning range- small L and large tuning capacitance.  

As for the MOS varactors used in the LC-VCO, the accumulation type has been a popular 

choice for VCO varactors and employed in several VCO circuits [21]. The cross-section view 

of an n-type AMOS varactor is shown in Figure 3.17. The capacitance is altered by adjusting 

the voltage across its G and D/S terminals and the DN-well is used to reduce the parasitic 

capacitance and noise from substrate. The simulated C-V characteristic at 6 GHz is shown in 

Figure 3.18 and the varactor has a Cmax /Cmin ratio of about 4.2.  
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Figure 3.15 The proposed inductor composed of two half-turn inductors.   

 

 

Figure 3.16 Inductance and quality factor (Q) of the proposed inductor. 

 

Figure 3.17 Cross-section view of the n-type AMOS varactor 
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Figure 3.18 The simulated C-V characteristic of MOS varactor for w=1.8 um, l=1.2 um, and branch =4, and 

group=7 

Although the Q of the resonator is mainly influenced by which of the inductor used, the Q of 

the varactor somehow affects the output signal quality and is defined by  

VV RC
Q

ω
1

=  

(3-10) 

where RV is the series parasitic resistance including the channel resistance Rch and the gate 

resistance Rg, given by 

1 2

( )1 ( )g ch c
V

R R vw wR
nf n l n l

= ⋅ + ⋅  

(3-11)  

where nf is the number of the gate fingers, l and w are the length and width of gate, and n1 and 

n2 are the non-ideality factors that accounts for the distributed effect and the number of 

contact resistance. The CV can be simplified as  

nfwlCC oxV ⋅⋅⋅= ^  

(3-12) 
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where ^
oxC is the gate-oxide capacitance per are, solving (3-10), (3-11), and (3-12) gives the 

relationship that 

2
var

−∝ lQ actor  

(3-13) 

Therefore, using minimum gate length lmin for the varactor results in the best varactor Q, but 

this also results in the worst tuning range. In a addition, this brings about a worst tuning range 

because the tuning rang is given by  

max

min min

C l
C l

∝  

         (3-14)   

By the above analysis, the tenability and Q are a direct trade-off for the AMOS varavtors [21]. 

Figure 3.19 is the simulated Q-V curve of the AMOS varactor with same l and w as that in 

Figure 3.18 The simulated C-V characteristic of MOS varactor for w=1.8 um, l=1.2 um, and 

branch =4, and group=7, Nonetheless, a difference in branch and group number is made to 

observe its relation with Q. Figure 3.19(a) shows the simulated Q of the varactor at different 

bias condition(Vc varies from +1 to -1 V) with frequency; Figure 3.19(b) is Q of the profile of 

(a) at 6 GHz and a comparison is made to testify the Q between varactors having same tuning 

capability with different group number. It can be seen that in Figure 3.19(a) Q drops as 

frequency goes higher, and in (b) with the same finger number, Q of the varactor with b=4, 

g=7 is superior to that of the other varactor with b=28, g=1. The main reason lies in that 

though with the same finger numbers, the channel resistance differs between the two varactors, 

from (3-11), Rch the dominant factor to far varactor Q. Meanwhile, Q varies with the control 

voltage across is terminals with the change of its parasitic resistance according to its operation 

mode.  
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(a) 

 

(b) 

Figure 3.19 The simulated Q-V curve of the AMOS (a) Q at different control voltage versus frequency 

(b) Q versus control voltage at 5 GHz 

Tuning range and phase noise 

The lowering of the supply voltage due to technology scaling further complicates the 
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tuning problem. As the technology advances, the gate length shrinks and the maximum supply 

voltage drops. The range of the varactor control voltage Vc decreases accordingly, resulting a 

reduction in frequency tuning range if the varacor sensitivity KV remains the same. Therefore, 

for low-voltage CMOS VCOs to achieve respectable performance, a high-KV and sufficient-Q 

varactor is required. As described earlier, the AMOS varactors have a Cmax /Cmin ration of about 

4.2 for a tuning voltage VC of ±1V. Even for a 1.2-V supply with VC of ±0.6V, a Cmax /Cmin of 

3.9 (i.e.ωmax /ωmin is around 2) is achievable as shown in Figure 3.18. Therefore, a 

combination of the varator and the proposed inductor discussed earlier can acquire a wide 

tuning capability (~65%).  

Nonetheless, an issue comes up if the varactor sensitivity, Kv, is too high which degrades 

the phase noise performance of the VCO. However, the phase noise requirement is released in 

UWB system than in conventional narrow-band system as above-mentioned. Mathematically, 

the phase noise can be expressed by using modified Leeson’s formula [22]  
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0

0

L( f) 10log{( ) [ (1 )]}
2

2

cf fFkT
fQ f f
P

Δ = +
Δ Δ

 

(3-15) 

where f0 is the frequency of oscillation, Q is the quality factor, Δ is the frequency offset from 

the carrier, P0 is the RF power produced by the VCO, F is the noise floor of the amplifier gain 

element, K is Boltzman’s constant, fc is the flicker noise corner frequency. The phase noise 

performance can further be improved by means of decreasing the flicker noise from the 

passive and active devices.  

Frequency divider 

A frequency divider can be best characterized by its sensitivity curve, which gives the 

minimum input amplitude Vmin of the input signal, for which the frequency divider functions 

properly with the applied signal frequency. The divider is designed to self-oscillate: that is, if 
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the input amplitude is set to zero, the output will still oscillate at some frequency, fso. This is a 

desirable characteristic that the divider operates correctly with low input amplitude at its input 

frequency near 2 times the self-oscillating frequency. Furthermore, the required minimum 

amplitude, Vmin, for input signal increases as its frequency deviates from fso, which limits the 

operating range of the divider: for input signal given at frequency, fin, without sufficient 

amplitude, would cause the divider malfunction, i.e. output signal frequency would be not 

1/2fin. While, the minimum tolerable input amplitude is associated with the input MOS size of 

the divider, [25], the larger size of it results in a smaller Vmin required, nonetheless, this also 

results in a extra loading capacitance of preceding stage degrading the speed and fso.  

Besides, some other issues in designing the frequency divider would be inevitable; for the 

supply voltage of 1.2-V, it is hard to implement the D-latch with more than 2 MOS devices 

cascoded. And the self-oscillating frequency of the divider is limited to several giga hertz 

without the aid the inductive peaking technique. Therefore, the larger Vmim is required to 

enable the proper operation of the frequency divider.       

3.2.3 Circuit Realization  

Figure 3.20 is the schematic of the QVCO composed of two identical VCO circuits. 

Mv1~Mv2 (Mv3~Mv4) form the cross-coupled pairs of the proposed VCO; R3(R4) and C3(C4) 

are used for biasing the circuit and filtering out high frequency noise to acquire better phase 

noise performance. The utilization of resistor biasing here instead of a PMOS is attribute to its 

lower flicker noise contribution than that of PMOS and the bias point at OUT1~4 is set to 

around 0.65-V to complete usage of the tuning capacitance of the varactor. However, this 

becomes a tradeoff between the tuning capability and the driving force of the cross-coupled 

MOS, Mv1~Mv4, due to its low over-drive voltage.   

The inductor in VCO is composed of two series-connected inductors with its parasitic 
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capacitance and possesses a character of decreasing inductance with increasing frequency 

within the frequency of interests. The varactor used in the VCO is AMOS type, while the 

connection of the varactor between its control voltage and VCO output nodes, OUT1~OUT2 

(OUT3~OUT4) is important: the gate terminal of the varactor is better connected to the output 

node of the VCO (OUT1~OUT4), for which the output signal quality would be less degraded 

by the substrate noise and the frequency tuning range could sustain for less parasitic 

capacitance seen there. With the aid of these features mentioned above, a VCO with wide 

frequency tuning range can be realized.  

For the generation of quadrature phases output while maintaining the wide frequency 

tuning range , the output of the QVCO, OI+~OI- (OQ+~OQ-), and the output of the VCO, 

OUT1~OUT2 (OUT3~OUT4) where the extra capacitance seen there seriously degrades the 

locking frequency range are separated. As a result, what is connected to the QVCO output 

would have less impact on the locking frequency range. MnvB1~MnvB4, MnB1~MnB3, and 

Mp1~Mp4 are used for quadrature signal generation. Among them, MnB1~MnB2 (MnB3~MnB4) 

are used to isolate OUT1~OUT2 (OUT3~OUT4) and OI+~OI-(OQ+~OQ-). MnvB1~MnvB2 

(MnvB3~MnvB4) are used to receive output signals of the other duplicated VCO and PMOS 

Mp1~Mp2 (Mp3~Mp4) are used as loading.  

The QVCO buffers are designed as CS amplifiers composing of Mcg1~ Mcg4 and resistors, 

Rcg1~Rcg4, with center-tapped inductors, LB1~ LB2, as loading to compensate the output power 

difference of the QVCO－the output power variation of the QVCO is mainly from the 

impedance ration of the LC tank which is proportional to the square of its output frequency 

ratio (3-16), leading tolarge gain variations cross a wide bandwidth [8]  

2max max

min min

Z| | ( )
Z

ω
ω

=  

(3-16) 

Figure 3.21 limns the divider circuit. Each latch consists of two sense devices (MNVD1 and 
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MNVD2 in the master and MNVD3 and MNVD4 in the slave), a regenerative loop (MND1 and MND2 

in the master and MND3 and MND4 in the slave), and two pull-up devices ( MPD1 and MPD2 in 

the master and MPD3 and MPD4 in the slave). When MIX_I+ (MIX_Q+) is high, or says 

MIX_I- (MIX_Q-) is low, MPD1 and MPD2 are off and the master is in the sense mode, while  

 

Figure 3.20 The circuit diagram of the proposed QVCO circuit and QVCO buffers. 

 

MPD3 and MPD4 are on and the slave is in the store mode. When MIX_I- (MIX_Q-) goes 

low, the reverse occurs. Furthermore, as a result of the given 1.2-V supply voltage, it is hard 

to stack an NMOS or PMOS as current source which can prevent from dissipating static 

power when the PMOS are on. Also the PMOS is biased at its saturation region that the 

gate-channel capacitance of it has less influence on the maximum speed of the divider.  

Moreover, the size of the sense devices and regenerative devices should be decided 
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carefully; for improper ration of MNVDx/ MNDx, the locking range of the divider would be 

drastically reduced. First, the size of MNDx should be larger than that of MNVDx to have 

sufficient pulling force to change its previous state. A ration of MNVDx/ MNDx larger than 0.4 is 

reported to have wide frequency locking range [25]. The ratio of MNVDx/ MNDx is set to 0.5 for 

optimization and the size of PMOS devices is determined when divider output bias point of 

around 0.6-V for fast switching, i.e. each MOS device is biased at near it saturation region to 

have fast switching ability. The frequency divider is connected to the I_buffer and a 

duplicated one is connected to Q_buffer to minimize the phase and amplitude mismatch of 

QVCO output.        

 

 

Figure 3.21 The circuit diagram of the DFF-based frequency divider. 

Table 3.2 Detail parameters of the QVCO. 

Mv1~4 16 um / 0.13 um Lv1 w=3 um r=15 um nr=0.5

MnvB1~4 2.8 um / 0.13 um Lv2 w=15 r=15 nr=0.5 

MnB1~4 7.2 um / 0.13 um MPD1~4 9.6 um / 0.13 um 

Mp1~4 10.4 um / 0.13 um MND1~4 2.4 um / 0.13 um 

R3,4 210 ohm MNVD1~4 4.8 um / 0.13 um 

C3,4 2pF Mcg1~4 10 um / 0.13 um 

Varactor l=1.2 um w=1.81 um br=4 g=7 Lcg1~2 w=3 um r =15 um nr= 5
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3.3 Down-Conversion Mixer 

Down-conversion mixer is the circuit block following the LNA in the receive path and 

performs frequency translation by multiplying LO and RF signals. With proper selection of 

LO and RF frequencies, the signal at frequency of interests can be obtained. Furthermore, in 

the direct-conversion receiver scheme, it helps solve the image problem and effectively 

diminishes the cost, chip area, and design complexity compared to the heterodyne 

architecture.     

Performance parameters including NF, conversion gain, linearity, and port to port 

isolation are addressed in typical down-conversion mixers. Being the subsequent stage after 

the LNA, according to Farris equation, the influence from the noise of mixer can be 

suppressed by the gain of its preceding stage. While, what is critical is its great impact on the 

linearity of the entire receiver chain, i.e. improve the linearity performance of mixer would 

gain a comparative progress than making an effort on the LNA linearity does [3]. This is 

especially crucial in mixer design for UWB systems: if the receiver end and transmitter end 

are set closely, good linearity is intensively required to ensure minimal distortion of received 

signal. Hence, linearity of mixer should be put great emphasis on.  

 The circuit schematic of the down-conversion mixer is shown in Figure 3.22. The CMOS 

active mixer is based on Gilbert cell core and a single balance mixer structure is adopted to 

eliminate the need of the balun splitting RF input signal into two phases. The WLNA output 

signal enters driver MOS, M4, which acts like an amplifier stage to enlarge its input signal. 

The differential LO signals enter the gates of switching pair (M5~M6). An additional gain 

control mechanism is applied by adjusting the gate voltage of M7, which changes the bias 

current of M4. RL and CL form the load of the mixer and filter out the undesired signals to 

some extend. This kind of mixer is duplicated in this receiver circuit, while one receives the 

lower frequency signals and the other receives higher frequency signals. A special care should 
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be taken in these mixers is that the impedance seen at source node of the source couple pair 

(M5~M6) varies greatly with wide frequency range. Consequently, the size of M5~M6 is 

adjusted according to the desired operating frequency for better performance. For 

measurement consideration, NMOS, M8,9 is used as output buffer to match to the 50 ohm 

system. The Gilbert Cell mixer operates on a switched current principle, M5 and M6 are turned 

on and off by the differential LO signals and each time the switches change position in tandem, 

the direction of the small signal current through the load resistor reverses. The output 

differential signals are then taken across the load resistors, RL. In order to improve the 

performance of the CMOS mixer, charge injection method [26] is employed by inserting a 

cascode PMOS, M7, with this approach, the voltage headroom in load resistor (RL) can be 

relaxed and the bias current of the input transistor can be supplied through it. Since the input 

transistor, M4, is in saturation region, the conversion gain of the mixer can be modified by 

varying the bias current of it and can be given by  

4
2 2CG m L n D Lg R K I R
π π

= =  

                      (3-17)   
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Figure 3.22 The CMOS down-conversion mixer circuit. 
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Table 3.3 Device parameters of the down-conversion mixer circuit 

RL1,2 5 k ohm 

CL1,2 120 fF 

Rout1,2 100 ohm 

M4 9.6 um / 0.13 um 

M5,6 for group 1 14.4 um / 0.13 um 

M5,6 for group 2 4.8 um / 0.13 um 

M7 24 um / 0.13 um 

M8,9 19.2 um / 0.13 um 

RBias 5 k ohm 

Vbias 0.95 V 

 

The mixer gain is therefore proportional to ID4 and the value of the load resistor. Besides, the 

linearity of mixer is dominantly limited by the input NMOS, increment of its bias current 

would better the linearity performance and the association can approximately given by 

4
3

32IP
3

D

n

I
β

≈                       

 (3-18) 

Furthermore, the bias point of mixer input transistor can be decided according to Figure 3.9 to 

acquire better linearity.  

Noise of the down-conversion mixer circuit is analyzed and estimated [27]. An 

assumption is made: as described earlier, the DC offset issue can be eliminated through the 

characteristic UWB system by notching some carriers near zero frequency, which also 

mitigates the influence of flicker noise, thus the impact of flicker noise is ignored in the 

analysis. Except flicker noise, what seriously degrades the noise performance is thermal noise 

of each circuit device. Starting from the driver MOS, M4, its noise being amplified after 



 49

down-conversion at IF and is given as  

^2 2
o,n

4 2V m L
m

kTn ( g R )
g
γ

π
= ×  

                                                     (3-19) 

The factor n in (3-19) represents accumulated noise after aliasing. Any periodic LO waveform, 

sine-wave or otherwise, which switches the mixer results in square-wave commutation of the 

driver stage output current. Therefore, using the well-known harmonic amplitudes of the 

square-wave 

2

2 2

1 1n 2 1
3 5 4

( ) π
= + + + ⋅⋅⋅⋅⋅ =  

(3-20) 

where the first term means the thermal noise at LO IFω ω±  and second term is noise at 

IFLO ωω ±3 , which are down-converted by the first and third harmonics of the LO as shown in 

Figure 3.23, whose noise is one third of the main harmonic, and so on. The noise is 

uncorrelated at each sideband and frequency, and the various contributions add as the mean 

square. 

Thermal noise from the mixer switch pair and load resistor must be considered in the total 

noise contribution or noise figure will be underestimated by 2~4 dB. For noise of the mixer 

switching pairs, it can be modeled as an equivalent voltage, nV , associated with the differential 

 

Figure 3.23 Frequency translation of white noise from mixer input MOS 
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pair and the bias current in the switch MOS is periodic at a frequency of LOω . The varying 

nV modulates the time at which the pair switches. At every switching event the skew in the 

switching instant modulates the differential current waveform in the output, which advances 

or retards the time of zero-crossing with a random value. Now the waveform at mixer output 

includes LO signal with amplitude I, representing the LO feedthrough, superposed with a 

pulse train of random width and amplitude 2I/S at a frequency of LOω2 , where S is the slope of 

LO at zero-crossing. The switch then can be viewed as a differential pair, and contributes 

noise to the output over the time when both switches are on. If one switch is OFF, it obviously 

contributes no noise, and neither does the other switch is ON because it acts like a cascade 

transistor whose tail current is fixed to the bias current of input driver MOS. The mixer output 

thermal noise is given as [27] 

2^
o,ni 4 IKT

A
γ
π

=  

(3-21)  

It can be inferred that the output noise of switch only depends on LO amplitude, A, and the 

bias current, and not the size of switching pairs. The overall mixer output noise is derived as 

the following, inclusive of noise from driver stage, switching pair, load resistor and the charge 

injection MOS, respectively.     
2
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(3-22) 

where IP is the current flowing through the charge injection PMOS. Compared (3-18) with  

(3-22), it is obvious to see that noise and linearity is a tradeoff: if the bias current is increased 

to gain more linearity, the second term in (3-22) which represents noise of switching pair is 

increased.  
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Since the total mixer output noise is obtained, the noise figure can further be acquired by 
2
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(3-23) 

The LO is assumed to be a square-wave for calculation and with the device parameters in 

Table 3.3, the NFMixer is calculated to be at least 12 dB if RS is 50 ohm and A, the amplitude of 

LO signal, is 300 mV. Generally speaking, noise figure would be larger than this value if 

flicker noise and substrate noise are considered.  

However, the mixer in the direct-conversion receiver is designed without any inter-stage 

matching and the estimation of noise figure should be modified. Although the value of input 

resistance of mixer RF port is alterable, the equivalent input-referred noise would not be 

changed. The noise factor for different input resistance can be obtained through 
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          (3-24) 

(3-24) shows that a larger input resistance, i.e. a larger output impedance of preceding stage. , 

would have a small noise figure.      

Besides, a special care is taken into account in the mixer design when the impedance seen 

at the source node of the switching pair (M5~M6) varies greatly with frequency. While the 

input capacitance of M4 can be tuned out, its output capacitance mainly from gate-source 

capacitance of M5 ~M6 still degrades the gain of mixer in the high frequency and further 

worsens the noise performance. Consequently, the dimension of M5~M6 in group 2 mixer is 

adjusted to a smaller size for better performance at high frequency operation.       
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3.4 Simulation results 

Post-simulation is completed by ADS and HSPICE simulators with process parameters of 

TSMC 0.13-um mixed signal 1P8M salicide 1.2-V/2.5-V RF SPICE models. The followings 

are the post-simulation results of the circuits constructing the receiver and Monde Carlo (MC) 

analysis is also made to ensure the reliability of the chip due to process variation. The best 

and worst cases from Monde Carlo simulation are picked out for recognition and the process 

variation parameter is estimated according to  

NMOS 0 203 geo_factor
PMOS 0 175 geo_factor

1geo_factor

: .
: .

LW

×
×

=

 

(3-25) 

which is related to the physical dimension of the device individually.  

☆WLNA 

WLNA is the first stage of this UWB direct-conversion receiver; it provides 50 ohm input 

matching, voltage gain, low-noise contribution, and sufficient linearity for minimum 

distortion to the receiver in the frequency bands of interests. Figure 3.24 is the simulated S11 

of the WLNA under TT corner and process variation, and the S11 is below around -9.8 dB 

from 3.1 to 10.6 GHz. The simulated gain of the WLNA in the receiver chain is shown in 

Figure 3.25, and varies from 11 to 13.5 dB. Figure 3.26 is the simulation result of NF versus 

frequency, in which the bandwidth of the inverting amplifier is chosen from 2 to 6 GHz to 

have a minimum average NF instead of a flat NF with higher noise floor.    

Figure 3.27 is the simulated P1dB and IIP3 measured when the gain drops 1 dB and IIP3; 

to evaluate IIP3, two-tone test is performed: two signals of closely frequency-spaced are 

received by the WLNA and suffer from inter-modulation, and then IIP3 is measured when the 

third-order harmonic signal overwhelms the fundamental signal at WLNA output. In order to 
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ensure the stability of the WLNA, Rollet stability factor (3-6) and stability measure (3-7) 

parameters are reexamined. The simulated stability factor is greater than 1 and stability 

measure is positive to satisfy the sufficiency of unconditional stability as shown in Figure 

3.28. The summary of the performance parameters for WLNA is listed in Table 3.4.     

 
(a) 

 
(b) 

Figure 3.24 Simulated S11 of the proposed WLNA: (a) typical case (b) under process variation. 



 54

 

 

(a) 

 

 
(b) 

Figure 3.25 Simulated gain of the proposed WLNA: (a) typical case (b) under process variation. 
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(a) 

 

 
(b) 

Figure 3.26 Simulated NF of the proposed WLNA: (a) typical case (b) under process variation. 
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Figure 3.27 Simulated P1dB and IIP3 of the proposed WLNA 

 

 

Figure 3.28 Simulated Rollet stability factor and stability measure 
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Table 3.4 Post simulation summary of the proposed WLNA.  

Technology TSMC 013-μm 1P8M

S11 < -9.8 dB 

Supply voltage 1.2 V 

Mim NF 2.6 dB 

Gain ~12dB 

P1dB >-18dBm 

IIP3 >-11dBm 

Power 6.6 mW 

 

☆ Carrier Generator 

The simulated tuning range of the carrier generator is shown in Figure 3.29; with control 

voltage varying from 0-V to 1.2-V (in practical design the maximum control voltage can not 

exceed its power supply voltage), the tuning capability of the carrier generator is extended 

through the employment of the frequency divider. Moreover, the output power of the carrier 

generator is shown in Figure 3.30: output power of QVCO in the carrier generator is 

compensated to some extend in the frequency of interests through the QVCO buffers. Figure 

3.31 is the simulated phase noise of the carrier generator; the phase noise is around -109 

dBc/Hz to -99 dBc/Hz: it is worth noticing that phase noise is not monotonically decreasing 

with increasing frequency. This phenomenon can be explained according to (3-15): before 

control voltage of 0.6-V, phase noise decreases as expected; when control voltage is greater 

than 0.6-V, the output power, which is referred to P0 in (3-15), reinforces slowly or even 

saturates at control voltage of 1.2-V (Figure 3.30), and therefore, a tuning point appears in 

Figure 3.31(b). Then, Figure 3.32 shows the simulated phase relation of the carrier generator 
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output, which verifies the correct function of the proposed quadrature phase generation circuit 

in Figure 3.20. 

The sensitivity of the DFF-based frequency divider is depicted in Figure 3.33 and is 

derived under TT, SS, and FF corners, respectively. The divider is designed to self-oscillate at 

about 8.5 GHz to release the confinement to the driving force of QVCO output and the 

minimum input voltage (Vin) of the divider for proper operation is around 325 mV under SS 

corner simulation. Table 3.5 summaries the performance of the carrier generator. 

 

 

 

Figure 3.29 Simulated tuning range of the carrier generator 
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Figure 3.30 Output power of carrier generator: VCO; frequency divider; QVCO buffer   

 

 

(a) 
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(b) 

Figure 3.31 (a) Simulated phase noise of the carrier generator output (red line is the phase noise of QVCO buffer 

and blue dot represents that of the frequency divider). (b) Phase noise VS operating frequency 

 

 

Figure 3.32 Simulated phase of the carrier generator output (a) output quadrature phase  
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Figure 3.33 Simulated sensitivity curve of the DFF-based frequency divider. 

 

Table 3.5 Post-simulation summary of the proposed carrier generator 

Technology TSMC 013 –um 1P8M 

Supply Voltage 1.2 V 

Operating Range 2.9 ~ 10.3 GHz 

Output Power -0.5 ~ 6.2 dBm 

Phase Noise -99 ~ -109 dBc 

Phase difference 0.25°  

Power Consumption 24 mW 
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☆ Down-conversion Mixer 

  The down-conversion mixer is simulated under the circumstance of 50 ohm input matching 

by placing a 50 ohm resistor at the gate terminal of its driver MOS, as shown in Figure 3.34. 

The matching condition is inevitable if the mixer is designed individually to acquire its 

performance parameter of NF. Once the NF under 50 ohm matching is derived, according to 

(3-24), the NF of the down-conversion in the receiver chain can be evaluated.  

 Figure 3.35 is the simulated NF of the down-conversion mixers, it is observed at 132 

mega hertz IF frequency by varying input RF frequency from 2GHz to 12 GHz. The 

simulated NF is around 17 dB under 50 ohm input matching condition and less influenced by 

the size of switching pair as previously discussed. The NF of the down-conversion mixer in 

the receiver chain is derived, for instance, if 17 dB (50) is the NF of a mixer for 50 ohm 

matching and the input impedance, i.e. output impedance of its preceding stage, of the mixer 

in the receiver chain is 200 ohm, the NF is given  

dB 2.11))18.39(
200
501log(10))1(1log(10 50, ≅−+=−+= = ohmRfactor

IN

S
S

NF
R
RNF , which is 

less than the original simulated value under 50 ohm input matching. The conversion gain of 

the down-conversion mixer is shown in Figure 3.36; there is a snap at about 5GHz arising 

from the switching of mixer groups and CG of each group slightly lowers as frequency gets 

higher. Finally, the simulated P1dB and IIP3 are around -5 dBm and 5dBm respectively, as 

shown in Figure 3.37 and a summary of the down-conversion mixer is listed in Table 3.6.  

 

Figure 3.34 Simulated style of mixer input matching. 
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(a) 

 
(b) 

Figure 3.35 Simulated NF of the down-conversion mixer :( a) typical case (b) under process variation. 
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(a) 

 

 
(b) 

Figure 3.36 Simulated Conversion gain of the down-conversion mixer (a) typical case (b) under process 

variation. 
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Figure 3.37 Simulated P1dB and IIP3of the down-conversion mixer. 

 
 

Table 3.6 Post simulation summary of the down-conversion mixer. 

Technology TSMC 013 –um 1P8M 

Supply voltage 1.2 V 

Conversion gain 2.4~3.8 dB 

Mim NF( Rs=50 ohm) 15~17.8 dB 

P1dB >-6dBm 

IIP3 >3dBm 

Power (Group1) 3.4 mW 

Power(Group2) 3.83 mW 
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☆ Entire Receiver  

The entire receiver consists of the aforementioned circuit blocks: WLNA, 

down-conversion mixers, carrier generator, and output I/Q buffers for measurement. 

Moreover, this design is aimed at on-wafer measurement; the bonding wire effect is out of 

concern and parasitic capacitance resulting form input GSG pad (80*80 um with pitch of 150 

um)is simulated to be around 30 fF within the operating frequency; the output impedance is 

matched to 50 ohm for measurement consideration. During the simulation, it is pretty 

troubling to simulate such a wideband input signal; nonetheless, an approach taken here is 

that a single tone located at the center frequency of one of the sub-bands is feed into the 

receiver as input. A repetitive process is executed with input of different frequency to get the 

performance parameters (power gain, noise figure, IIP3, P1dB) of a RF front-end receiver. 

 Figure 3.38 is the simulated power gain and noise figure of the UWB direct-conversion 

receiver. Power gain is around 12 dB and noise figure varies form 4.1 dB to 7.1 dB. The 

simulated in-band linearity performance is illustrated in Figure 3.39, in which P1dB is about 

-24 dBm and IIP3 is about 10 dB larger than the value of P1dB. The two tone test employed 

here is that two input signals applied at a spacing of 10 MHz.  

In addition, according to the design considerations mentioned in chapter 2, for a full-band 

UWB receiver, out-of-band linearity can not be neglected: (1) blockers which desensitize the 

receiver gain is simulated in the worst case－the frequency spacing to the wanted signal is set 

to be 528 MHz as adjacent channels－and (2) even-order harmonic distortion degrades the 

signal quality. The simulation method at the presence of blockers is described as follows: a 

weak in-band signal with a strong blocker is taken as input signal of the receiver; with the 

power level of the in-band signal fixed, however, that of the blockers is increased gradually 

until the overall gain drops 1-dB. The simulated P1dB suffering from blocker interfering is 

shown in Figure 3.40 and is somehow worse than the P1dB with no interferers.  

The even-order distortion is set into two parts as discussed in chapter 2. One is the desired 
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signals ranging over 3~5.5 GHz, in which signals of 6 ~10.6 GHz are regarded as out-of-band 

interferers; the other one is signals spanning from 5.5 to 10.6 GHz, in which signals of 3~5.5 

GHz are deemed as out-of-band interferers. Two-tone test is applied to find the linearity 

performance under the disturbance of out-of-band interferers. The simulation results is shown 

in Figure 3.40, in high frequency the tolerance to cross-band modulation is around -11 dBm, 

while in low frequency it is larger than 0 dBm. It can be observed that in full-band UWB 

systems, cross-band modulation is as critical as third-order harmonic distortion: both seriously 

degrade the linearity performance of the receiver. Finally, in Figure 3.41, the output 

waveform of Band #1 is presented. (Appendix.B shows the remaining simulated output 

transient waveforms of Band #2~Band # 14) 

 

 

Figure 3.38 Simulated power gain and cascaded noise figure of the UWB direct-conversion receiver. 
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Figure 3.39 Simulated IIP3 and P1dB of the proposed UWB direct-conversion receiver. 

 

 

Figure 3.40 Linearity performance parameters under out-of-band disturbance. 
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Figure 3.41 Quadrature IF waveform for Band #1 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 


